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Abstract—An integral-path self-calibration scheme is intro-
duced as part of a 20.1 GHz to 26.7 GHz low-noise PLL in 32 nm
CMOS SOI. A dual-loop architecture in combination with an
integral path measurement and correction scheme desensitizes
the loop transfer function to the VCO’s small signal gain varia-
tions. The spread of gain peaking is reduced by self-calibration
from 2.4 dB to 1 dB, when measured at 70 sites on a 300 mm
wafer. The PLL has a measured phase noise @10 MHz offset of
126.5 dBc/Hz at 20.1 GHz and 124.2 dBc/Hz at 24 GHz

Index Terms—Bandwidth calibration, frequency synthesizers,
phase locked loop, PLL.

I. INTRODUCTION

T HE next generation of wireless and wireline applications
require high frequency ( GHz) clocks with stringent

phase noise performance and well controlled jitter transfer char-
acteristics. For example, a 20–26 GHz PLL followed by a fre-
quency doubler has been proposed as a solution to generating
the LO in a 60 GHz radio [1]. High data rate wireline I/Omacros
must support multiple standards while maintaining excellent
jitter performance, where an example of such an I/O macro is
described in [2].
In order to support these high performance applications while

achieving high yield, several practical challenges must be ad-
dressed. For example, minimizing the integrated jitter requires
selecting the PLL’s phase transfer function as a compromise be-
tween meeting the goals of filtering the reference clock noise
(which requires low bandwidth) and filtering the VCO phase
noise (which requires high bandwidth). In a conventional analog
PLL, as shown in Fig. 1(a) the phase transfer function can vary
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significantly due to changes in the small signal gain terms of
components in the loop. Shown in Fig. 2 is an example of a sim-
ulated voltage to frequency transfer curve of a high frequency
VCO. The transfer curve is highly non-linear. The analog tuning
range represents a small fraction of the total tuning range of the
VCO, while the remainder of the range is accessed by switching
digitally-controlled fixed capacitors. Small manufacturing vari-
ations in the digitally switched or fixed capacitors must be com-
pensated by moving the analog control to a different point on the
VCO tuning curve, resulting in differences in small signal gain.
In a conventional single path PLL (Fig. 1(a)), this gain variation
affects both the proportional gain and integral gain in a similar
fashion. In addition to the VCO non-linearity, the integrating ca-
pacitor and the ripple capacitor may themselves be non-linear,
particularly if they are implemented with MOS-based devices.
Consequently the PLL’s small signal phase transfer function
is frequency dependent, and sensitive to PVT variations. In a
single path PLL, the VCO gain variations affect both the propor-
tional gain and integral gain, and the non-linearity of the capaci-
tors affects the position of the first zero in the open loop transfer
function in addition to the frequency of the higher order pole.
Several techniques have been proposed to address these prob-

lems. In [3]–[6] an additional VCO control path is introduced
which re-centers the original VCO control voltage to the middle
of its range, as shown in Fig. 1(b). This additional path con-
tains a low gain integrator in series with the loop filter, resulting
in a type III control loop. As a result, the small signal gain
of the primary path is desensitized to the non-linearity of the
VCO and loop capacitor because the VCO’s control voltage
is always forced to the center of its range irrespective of the
output frequency. In addition, as the primary control path is no
longer required to support a broad frequency range, the VCO
gain of this path can be reduced, and in order to maintain the
bandwidth, the charge pump current proportionally increased.
This approach has been shown in [4] to lead to an improve-
ment in phase noise performance. However, as will be discussed
in Section II, a drawback of the very low gain integrator ap-
proach is that PLLs built in this way are susceptible to capacitor
leakage-driven effects.
A second method of reducing the sensitivity of the loop to

uncertainty in the small signal gain terms is to use a foreground
calibration scheme to calibrate the PLL’s transfer function by
measuring the PLL’s transient response to injected phase steps,
as described in [7]. This technique has the advantage of re-
quiring no additional analog circuitry, allowing for a minimal
area overhead. However, as will also be discussed in Section V,
the scheme from [7] is difficult to implement in a PLL with a
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Fig. 1. Common PLL architectures. (a) Conventional single path PLL. (b) Dual
loop type III PLL. (c) Dual loop type II PLL.

Fig. 2. AVCO’s Voltage-to-frequency tuning curve extracted from a schematic
simulation (The actual frequency of the VCO will be lower due to parasitic
capacitance.)

narrow analog tuning range, where the calibration phase steps
can move the PLL’s control voltages sufficiently far from their
small signal state so as to corrupt the measurement.
In this work we introduce a dual path analog PLL which, in

conjunction with an integral path calibration scheme desensi-
tizes the PLL’s small signal transfer function to gain variations
of the non-linear components of the loop. By implementing the
PLL with separate integral and proportional paths, the gain of

the proportional path is stabilized in a fashion similar to [4],
without the need for a type III loop control. The integral path
gain, which remains sensitive to VCOnon-linearity is controlled
with a novel calibration scheme. The scheme works by mea-
suring the response of the PLL to opposite polarity phase steps
while temporarily disabling the proportional path (i.e., setting

). This scheme avoids saturation problems on the pro-
portional path, and works well even if the PLL has a limited
linear range and/or has significant input-referred phase offsets.
The dual path design and associated calibration scheme leads to
a significant reduction in PLL phase transfer function variation.
This paper is organized as follows: In Section II we will re-

view the benefits of the type II dual loop PLL. In Section III we
will provide the block level details of the PLL’s core compo-
nents, and in Section IV we will present the details of a novel
integral path PLL calibration system. In Section V we present
measurement results

II. DUAL-PATH PLL REVIEW

The PLL in this work was implemented in a dual-path con-
figuration, as shown in Fig. 1(c). This architecture requires two
charge pumps and a second set of varactors in the VCO, or, al-
ternately, a method of summing the two sets of control voltages
before the signal is applied to the VCO. This architecture has
some distinct advantages compared with a conventional single
path PLL which justify its relative increase in complexity. In
this section we will review the benefits of the dual-path archi-
tecture, contrasting it with single path PLL and with dual path
type III PLL architectures.
In a dual path PLL the control loop is split into separate inte-

grating and proportional paths where the integrating path con-
sists of a charge pump and loop capacitor , and the propor-
tional path consists of a charge pump, resistor and ripple
capacitor ; a general discussion of an example of this archi-
tecture is provided in [8]. Variants of this architecture include a
PLL with a resistor-less sample-reset proportional path, as pre-
sented in [9]. A significant advantage of this architecture is that
the gain of the integrating and proportional paths can be set in-
dependently by changing the relative magnitudes of the charge
pump currents. This feature allows for easier programmability
of the transfer function of the PLL.

A. Sensitivity to VCO Non-Linearity

In a dual path PLL, the small signal gain of the proportional
path is significantly desensitized to the non-linearity of the
VCO. The proportional path has no long term memory; once the
PLL has achieved lock the proportional path operates around
its common-mode value, corresponding to a single point on the
VCO transfer function. If the PLL locks to a new frequency,
only the integral path control voltage must move to a new
point on the VCO tuning curve. This separation also reduces
the variation of the higher order pole as the voltage across the
potentially non-linear ripple capacitor will also remain constant
irrespective of the integral path voltage. In addition, the range
of voltage over which the proportional path charge pump must
be linear is reduced as the proportional path is decoupled from
frequency tuning.
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However, the integral path gain in the dual loop architecture
still suffers from the potential non-linearity of the VCO and ca-
pacitor, resulting in uncertainty in the position of the open loop
zero of the PLL. This uncertainty motivates the search for an
integral path gain calibration scheme, as will be described in
Section IV.

B. Noise in a Dual Path PLL

A further advantage of the dual path architecture over the
single-path approach is that in dual-path designs it is easier to
reduce the phase noise contribution from the charge pumps. In
a high performance communication system, many of the PLL’s
parameters, such as reference frequency and division ratio, are
fixed by the application, or, in the case of loop gain, are set
to optimize the tradeoff between filtering reference noise and
VCO noise. In a conventional single path PLLwith a fixed VCO
gain, , this tradeoff fixes the ratio of charge pump current
to loop filter impedance; in this case, only the absolute value of
charge pump current and loop filter impedance can be modified.
In particular, if the charge pump current is increased then the
loop filter impedance should be decreased by the same amount
to maintain the same transfer function. As shown in [10], the
low frequency in-band phase noise contribution of the charge
pump in a single path PLL is given by the following:

(1)

In this equation, is the noise from the charge pump, is the
charge pump current, N is the PLL’s multiplication factor,
is the reset time of the PFD, and is the period of the ref-
erence clock. According to (1), there are few options available
to reduce the charge pump noise contribution. generally
cannot be reduced below a few gate delays to avoid dead-zones
in the charge pump. N and are fixed by the application.
The sizes of the charge pump current source transistors can be
optimized to minimize ; further reductions in phase noise can
only be achieved by increasing . Note that is a function of
; increasing will also increase . If the charge pump current

is doubled by switching in a second identical charge pump then
will increases by a factor of sqrt(2), leading to a 2x reduction

of . In order to maintain the same loop transfer function,
an increase in must be compensated with a proportional re-
duction in the loop filter impedance. This leads to an unfortunate
trade-off: improving the noise performance requires a reduction
in loop filter impedance, which results in an expensive increase
in the area of the loop capacitor. Note that the proportional path
resistor must also be reduced, although this requirement is typ-
ically less problematic in terms of area.
Equation (1) provides the contribution to phase noise below

the PLL bandwidth, and is derived assuming that charge pump
current noise will be tracked by the PLL. In order to see the con-
tribution to phase noise at frequencies at or above the bandwidth
of the PLL, the derivation of (1) can be extended for single and
dual paths PLL, to include the filtering effects of the PLL. The
charge pump noise flows into the loop filter for time of
every reference period . Consequently the net noise current
flowing into the loop filter must include the harmonics mixed
down from high frequency and scaled by . As shown

in [10] the effective noise current from the charge pump is given
by:

(2)

This current noise is converted to a voltage in the loop filter
which is then converted to phase noise by the PLL. It is straight-
forward to show that in a conventional type II second order PLL
the resulting output phase noise is given by:

(3)

where is the VCO gain in Hz/V, is the proportional
path resistance, is the integrating capacitor, is the charge
pump current and N is the division ratio. As , (3) reduces
to (1), in agreement with [10]. In a dual path PLL, there are
two charge pumps with two noise currents: one from the pro-
portional charge pump and one in the integral path,

. It is straightforward to show that the phase noise con-
tribution in a type II dual path PLL from the charge pumps is
given by

(4)

where are the contributions from the inte-
gral and proportional path charge pumps, are the integral
and proportional currents and are the proportional
path and integral path VCO gains. If we compare the noise con-
tribution from the integral path charge pump current (the first
term in (4)) to the charge pump noise in a single path PLL (3),
we see that the contribution is the same up to the open loop
zero of the PLL. However, for frequencies above the open loop
zero, , the phase noise contribution is reduced by a factor of

, as illustrated in Fig. 3. This characteristic miti-
gates the problem of requiring an increase in capacitor area to
reduce charge pump noise, at least above the first zero of the
PLL. This advantage can be understood intuitively as follows:
the noise from the integral path charge pump is converted to a
voltage by the impedance at its output. In a dual path PLL, the
integral path filter’s impedance is just a capacitor, as shown in
Fig. 3(b), in contrast to a resistor in series with a capacitor in a
single path PLL, in Fig. 3(a). Therefore, the voltage on the inte-
gral path control voltage is less than that the same charge pump
would produce in a single path PLL, resulting in lower noise at
the PLL output.
The phase noise contribution from the proportional path

charge-pump is similar to that of a single path PLL above the
open loop zero. However, now that the proportional path is
decoupled from the integral path, it is no longer required to
support a wide frequency tuning range through the proportional
path. By decreasing the VCO gain and increasing the charge
pump current, the phase noise contribution of the charge pump
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Fig. 3. (a) In a conventional PLL, the loop filter impedance includes a resistor
and ripple capacitor. (b) In the dual path PLL, the integral path filter is just a
capacitor.

is reduced without affecting the bandwidth, in a similar manner
as described in [4]. While the approach offers significant ad-
vantages, there are practical limitations which should be kept
in mind when employing this strategy in a multi-path PLL. In
particular, leakage on the integral path capacitor or mismatch
between the integral charge pump up/down currents will cause a
phase offset at the input of the PLL, which will in turn cause the
proportional path voltage to move away from its common-mode
point. A static phase offset of will cause a DC shift in the
proportional control voltage of . The
strategy outlined above of reducing , and increasing
will increase the voltage offset caused by this phase offset. This
consideration effectively puts a limit on the degree to which the
proportional path VCO gain should be reduced. Nonetheless,
provided that the phase offsets caused by the non-idealities in
the integral path are modest, the proportional path VCO gain

can be reduced by at least an order of magnitude as
compared with the integral path.
It is worth noting that the offset caused by capacitor leakage

is potentially more problematic in the Type III PLL of Fig. 1(b).
The gain, , of the extra path must be made ex-
tremely small in order to make the frequency offset of the re-
sulting zero small. Consequently, leakage in the capacitor,
must be compensated with a change in the fine control voltage
of . This offset is independent of the size of the capac-
itor; reducing the size of the capacitor reduces the amount of
leakage, but must also be proportionally reduced to main-
tain the same gain. This is a significant disadvantage of the type
III PLL: it is potentially very sensitive to capacitor leakage.
In summary, the dual loop type II architecture is an attractive

PLL topology as it leads to a stabilization of the proportional
path gain, and makes it somewhat easier to deal with charge
pump noise. In addition, it avoids the leakage sensitivity of type
III PLLs. However the dual loop topology still suffers from gain
variation in the integral path due to VCO and capacitor non-
linearity, which motivates the requirement for a new integral
path calibration scheme, as described in Section IV.

III. IMPLEMENTATION DETAILS

A block diagram of the PLL is shown in Fig. 4. The CMOS
feedback divider consists of a divide by 16 prescaler, followed

Fig. 4. Architecture of the PLL including circuitry required for integral path
calibration.

by a digitally programmable divider. The dual-loop PLL in-
cludes separate fully differential proportional and integral con-
trol paths, the details of which are shown in Fig. 5. The dif-
ferential integral path consists of 10 10 uA current slices each
of which can be independently enabled. The loop capacitor in-
cludes a total of 217 pF implemented with a thick oxide ca-
pacitor over n-well, and segmented into a 5-bit binary weighted
differential configuration. The output nodes also include capac-
itance to ground, as part of the stabilization for the common-
mode feedback loop.
The proportional path is also implemented differentially. The

charge pump consists of 15 50 uA independently controllable
current slices and the loop resistor is segmented into a 4-bit bi-
nary weighted structure. The minimum required programmable
range of the loop components must be sufficiently large so as to
be capable of compensating for PVT variation in an application
using a fixed reference clock; in this work the programmable
range of charge pump currents and loop filter components is
made very wide so as to enable the support of a wide range
of bandwidths, applications and reference clock rates. The
switches used to make the loop capacitor programmable are
implemented with thick oxide transistors; the gate leakage
of thin-oxide transistors was found to be sufficiently large to
contribute to capacitor droop and reference spurs. The common
mode of the proportional path is set by tying the mid-point of
the proportional resistor to a fixed voltage, nominally set to
half of the supply. This voltage, Vcm in Fig. 1(c), is generated
with a simple resistor divider. In between UP/DWN pulses
from the phase detector, a feedback loop on each side of the
proportional path charge pump adjusts the up current to match
the down current. Both paths are controlled with a classical
tri-state phase detector.
The VCO architecture is based on the Colpitts noise shifting

VCO described in [12]. This architecture provides the strong
phase noise performance of the classical Colpitts configuration
without degrading the oscillator’s ability to start up robustly,
even at K-band frequencies. A block diagram of the oscillator is
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Fig. 5. Details of the fully differential charge pumps and loop filters.

Fig. 6. Noise shifting Colpitts VCO including two sets of analog varactors
for the proportional and integral paths. There are also two banks of digitally
switched capacitors.

shown in Fig. 6; additional implementation details can be found
in [13]. The proportional and integral analog controls required
for the dual-path PLL utilize accumulation varactors which are
isolated from the tank with back-end-of-the-line (BEOL) capac-
itors. The varactor structure is implemented in a symmetrical
configuration so as to provide good common-mode rejection,
even at the edges of the tuning band. The nominal integral and
proportional path gains are approximately 400 MHz/V and 40
MHz/V, respectively. The majority of the VCO’s tuning range
is achieved using two sets of digitally controllable capacitor
banks.
A chip photo is shown in Fig. 7. The state machine required

for integral path healing (in Section IV) is embedded in the dig-
ital logic, and consumes a small fraction of the overall area (40
m 60 m).

Fig. 7. Chip photo.

IV. INTEGRAL PATH HEALING SCHEME

As discussed in Section II, in a dual-loop type II PLL, the
integral path gain suffers from gain variation due to the non-lin-
earity of both the VCO and the integral path capacitor. This in-
tegral path variation affects the position of the zero in the PLL’s
open loop response. The expected effects of changing the in-
tegral path gain on the closed loop PLL transfer function are
shown in Fig. 8(a), calculated using a simple linear model. It
is instructive to compare these results with measurements from
hardware when the integral path voltage is at various locations
on the transfer curve. Fig. 8(b) shows the closed loop response
of the PLL, as measured from hardware; the methodology for
measuring transfer function will be discussed in Section V. In
this plot the closed loop phase transfer function of the PLL is
measured at nine different points in the same VCO tuning band,
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Fig. 8. Closed loop transfer function variation due to integral path gain changes. (a) Calculated using simple linear model. (b) Measured from hardware at 9
different points in a single coarse frequency band.

Fig. 9. Effect of changing the integral path gain on low frequency phase noise. (a) Calculated. (b) Measured from hardware.

equispaced from the bottom of the band to the top of the band.
Therefore each of thesemeasurements corresponds to a different
point on the tuning curve of the VCO, leading to a change in the
gain of the integral path. Significant variation in the amount of
jitter peaking is observed, similar to the calculated case, despite
the fact that in absolute terms the set of measured operating fre-
quencies shown in the plot are relatively close together.
Jitter peaking can be reduced by reducing the integral path

gain relative to the proportional path. However, the integral path
gain also plays a significant role in suppressing the close to car-
rier phase noise of the VCO. In Fig. 9(a) the effect on phase
noise of changing just the integral path gain is calculated. The
integral path gain plays a significant role is suppressing low fre-
quency VCO phase noise, in particular if the VCO noise is dom-
inated by flicker noise. In Fig. 9(b), the PLL’s phase noise is

measured at the same frequencies as in Fig. 8(b). As can be seen
in the figure, the measured phase noise is lowest at frequencies
in the center of the tuning band, where the integral path gain is
highest.
If the integral path gain is too high, the result is excessive

jitter peaking in the PLL’s transfer function. If the integral path
gain is too low, then the low frequency phase noise of the VCO is
insufficiently suppressed. The nonlinearity of the VCO results in
uncertainty in the integral path gain. In this work we will present
a method of precisely calibrating the integral path gain, enabling
a more precise tradeoff between jitter peaking and VCO noise
suppressions.
In [7], a foreground calibration technique has been proposed

which has been demonstrated to be capable of correcting a PLL’s
transfer function in the presence of manufacturing variation.
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Fig. 10. Overview of time till crossover measurement. (a) Circuits used to add
phase step and count time until crossover. (b) The phase step is added by tem-
porarily changing the divider’s count value from N1 to N2.

The additional circuitry required to implement this scheme is of
a digital nature, resulting in a minimal area penalty. In addition,
the method measures the PLL’s small signal gain terms around
its phase locked state, which means that it accounts for the small
signal gain variation of non-linear components. The scheme
works as follows: A phase step is added to the PLL by tem-
porarily incrementing or decrementing the feedback divider’s
count value, as illustrated in Fig. 10. A bang-bang phase de-
tector, placed in parallel with the PLL’s phase detector, measures
the time (in reference cycles) for the phase of the PLL to cross
zero in response to the introduced phase step. This time-until-
cross-over measurement, in conjunction with an over-shoot de-
tector is used to calibrate the PLL’s transfer function. As dis-
cussed in Section II, however, the PLL in the work described
here features a limited frequency range on the proportional path,
making the scheme proposed in [7] impractical.
Specifically, in contrast to the design described in [7], adding

large phase steps to a PLL with a limited proportional path
tuning range, causes the proportional control voltage to move
from its nominal position significantly, resulting in a measure-
ment that is corrupted by non-linear effects. If, instead, a very
small phase step is used to avoid these non-linearities, the mea-
surement is corrupted by phase offsets.
The transient step response of the PLL’s phase, according to

[11], is given by:

(5)

where the size of the phase step is , and the natural frequency
and damping ratio are given by and . According to [7],
this equation yields an expression for time to crossover for an
over-damped PLL given by:

(6)

In Fig. 11 the step response of an ideal second order type
II PLL is shown, where the X-axis corresponds to time in ref-
erence cycles and the Y-axis corresponds to phase difference.
(Practical PLLs are at least third order, but for now we will ig-
nore the higher order pole). If the PLL is linear and offset-free,
then the time until cross-over, , is independent of the size of

Fig. 11. Ideal response of a second order type II PLL to a phase step. The
magnitude of the phase step does not change the time to crossover.

the phase step. The significance of the time is that it repre-
sents the time when the output of the bang-bang phase detector
will switch polarity. This time can be easily measured with a
counter, where the counter is clocked using the reference clock.
However, analog PLLsmay have input referred phase offsets for
multiple reasons, including charge pump current mismatch and
capacitor leakage; there may also be a static mismatch between
the PLL’s PFD and the BB-PFD that would yield an effective
input referred offset. The time-until-cross-over measurement is
corrupted by offsets from any of these sources; the actual time
measured if the offset is positive offset is shown as in Fig. 11.
In fact, if the offset is negative and larger than the overshoot,
then the phase may actually never cross zero, resulting in an
unbounded error.
The error caused by the PLL’s offset can be reduced by in-

creasing the size of the added phase step. As also can be seen
in Fig. 11, the larger the phase step, the smaller the error due
to the offset. However, the phase step in (5) causes the con-
trol voltage phase of the proportional path to move away from
its common-mode point. As discussed in Section II, in order to
minimize the phase noise contribution of the proportional path
charge pump, has been increased and has been
decreased. This strategy leads to an increase in the voltage ex-
citation on the proportional path in response to phase steps. In
order for the bandwidth calibration to be effective, any transient
changes to the control voltages of the PLL must be sufficiently
small so that the nature of the response is still small-signal.
However, the reduction in proportional path gain (as described
in Section II) makes this result difficult to achieve. In summary,
if the added phase step is too small, then phase offsets of the
PLL can corrupt the results. If the phase step is too large, then
the time to crossover will not reflect small signal behavior of
the system; instead, it will be a function of the non-linear el-
ements in the PLL. The practical implications of the interac-
tion between introduced phase step size and PLL characteris-
tics can be seen in both simulation, Fig. 12(a), and hardware
measurements from an early PLL prototype, Fig. 12(b). In both
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Fig. 12. Time-to-crossover measured as a function of the size of the added phase step. (a) Behavioral simulation results including non-linearity, with/without
phase offsets. (b) Results measured from hardware, and results predicted from the PLL’s small signal transfer function.

Fig. 12(a) and (b) the X-axis describes the magnitude of the
added phase step in prescaler periods (one prescaler period
output periods), and the Y-axis the time to crossover mea-

sured in reference cycles and recorded by the integrated state
machine. Fig. 12(a) shows the time-to-crossover for three cases:
1) in the ideal case (i.e., calculated from the PLL’s small signal
parameters), 2) when the behavioral model includes non-lin-
earity in the proportional path, and 3) when the model includes
both non-linearity and phase offsets in the form of leakage in
the loop capacitor. The simulated results agree with the ideal
value only when offsets are not included and a minimum sized
phase step is used, as can be seen in Fig. 12(a). When the size
of the phase step is increased, or both non-linearites and phase
offsets are modeled, then the simulated values never agree with
the ideal value. The same experiment performed in hardware, as
shown in Fig. 12(b), displays the same characteristics as the sim-
ulated results; the results are corrupted by non-linearity when
large phase steps are used and by offsets when small phase steps
are used.
As discussed in Section II, in the dual path PLL presented in

this paper, the proportional path gain is quite insensitive to the
nonlinearity of the VCO. The integral path gain, on the other
hand, remains susceptible to variation due the VCO’s non-lin-
earity. Consequently, we introduce a scheme which calibrates
just the integral path, and avoids the errors caused by offsets and
proportional path non-linearity described above. The scheme
works based on the principle that if a phase step is added to
a PLL with the proportional path temporarily disabled
then the PLL’s phase response will be

(7)

This periodic response, illustrated in Fig. 13, has some useful
properties. Firstly, provided that the phase step is greater than
the PLL phase offset, the phase will always cross the measure-
ment threshold. Secondly, the cosine response is symmetrical
around zero. As a result, if the polarity of the phase step is in-
verted, then the error caused by the offset will also be inverted

Fig. 13. Response of the PLL to a phase step when the proportional path is
disabled.

but will maintain the same magnitude. Consequently, if the time
to crossover measurement is performed twice but using oppo-
site polarities of the introduced phase step, then the average
of these two measurements will correspond to the offset-free
time to crossover. It is straightforward to show that the average
time till first cross-over with opposite polarity steps is simply

, with the proportional path disabled.
The measurement is performed as follows. First, the PLL is

allowed to fully phase lock with an initial default set of charge
pump and loop filter settings (i.e., with the proportional path en-
abled). Once the integrated lock detector detects lock, a phase
step is injected into the loop while simultaneously disabling the
proportional path. While the proportional path is required if the
PLL is to be stable, the proportional path can be disabled for
short durations without causing unlimited oscillations. In this
scheme the proportional path is only disabled until the phase
crosses zero, which is less than the natural period
of the PLL. Once the PLL’s input phase crosses the measure-
ment threshold, the number of reference cycles since the phase
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Fig. 14. The PLL’s noise and tuning range performance. (a) Phase noise at multiple frequencies. (b) The PLL’s tuning range is dominated by the digitally controlled
capacitors.

step was introduced is stored, and the proportional path is re-en-
abled. Next, the PLL is allowed to relock and the measure-
ment is repeated, but with the application of a phase step of
opposite polarity. An integrated state machine averages the two
time-to-crossover measurements, giving the offset-free time-to-
crossover measurement, corresponding to the natural frequency
of the PLL. As the effects of the phase offsets have been ac-
counted for, a small step size can be used, which avoids the
non-linearites of the VCO. Furthermore, it can be shown that
magnitude of the voltage excitation in response to a phase step
is much smaller on the integral path than it would be on the pro-
portional path, which further eases the linearity requirements.
Note that through this approach, the effects of the higher order

pole due to the ripple capacitor on the proportional path have
been avoided, as the proportional path has been disabled. In
contrast, a calibration scheme based on (6) does not include the
effects of the ripple capacitor, which could lead to errors if the
higher order pole is close to the crossover frequency of the PLL.
This method of measuring was implemented as part of

a full integrated integral path calibration state machine. In the
prototype PLL both the integral path charge pump and loop
capacitor are programmable, the charge pump is thermometer
weighted, and the capacitor is binary weighted (details in
Section III). Both are adjusted in the calibration scheme.
The algorithm operates as follows: Firstly, the PLL locks

normally with the integral path charge pump current and the
integral path capacitor set to their maximum value. Next, the
average time until crossover is measured, using the technique
described above. The measurement is compared with a value
loaded through the serial interface, corresponding to a required
integral path gain. If the result is less than the target, then the
response was too fast, and the integral path charge pump cur-
rent is decremented. This procedure is repeated until the mea-
sured result is greater than the target. Next, size of the capacitor
is decremented, which increases the integral path gain and de-
creases the time until crossover measurement. Once the time to
crossover measurement is equal to or less than the target, the
algorithm is complete. In the current implementation the cali-

bration is intended to occur on power up, and nominally takes
approximately 1.5 ms to complete. The calibration time is domi-
nated by the time it takes the lock detector to declare lock, which
occurs when the input to the phase detector remains less than 40
gate delays (approximately 800 ps worst case) for reference
clock cycles. In order to ensure the PLL is locked between phase
measurements, the lock detector response time was made delib-
erately long. The calibration time could easily be reduced by
reducing the lock detector counter, or by using a binary search
algorithm. In this work the calibration is performed on power-up
only. Subsequent temperature changes will result in changes to
the center frequency of the VCO. The error caused by tempera-
ture changes depends on the temperature sensitivity of the VCO;
in simulation a temperature change from 25 C to 85 C results in
the VCO frequency moving by 17% of the range of a tuning
band.
As both the integral path charge pump current and the loop

capacitor are programmable, there are potentially multiple com-
binations that will produce the required ratio of charge-pump
current to loop filter impedance and hence the same integral
path gain. As discussed in Section II, for the same gain, how-
ever, using the largest current and the largest capacitor size will
produce the best noise performance. Note that the algorithm de-
scribed here will settle on that best noise performance solution.

V. MEASUREMENTS

The realized PLL locks over a frequency range of 20.1 to
26.7 GHz and consumes approximately 33 mW (depending on
VCO bias settings and frequency), excluding input and output
buffers; Fig. 14 shows the PLL’s measured phase noise perfor-
mance at several output frequencies and the PLL’s measured
tuning range. At 20.14 GHz, close to the bottom of the tuning
range, the measured phase noise was 126.7 dBc/Hz at a 10
MHz offset from the carrier. The phase noise gradually degrades
as the output frequency increases.
In order to demonstrate the effectiveness of the integral path

self-calibration system, a method of accurately measuring the
PLL’s phase transfer function is required. In this work, a method
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Fig. 15. Measured closed loop phase transfer function in a single frequency band. (a) Before enabling the calibration engine. (b) After enabling it.

Fig. 16. Measured phase noise in a single frequency band. (a) Before enabling the calibration engine. (b) After enabling it.

similar to that described in [7] was used. First the reference
clock is phase modulated at a fixed offset frequency. This intro-
duces a tone in the output spectrum of the PLL. The magnitude
of this tone is measured using a spectrum analyzer, and the ratio
of themagnitude of the output tone to the reference clock’s mod-
ulation index can be used to calculate the magnitude of PLL’s
phase transfer function at a given offset frequency. Next, the ex-
periment is repeated at several modulation frequencies and the
results are stitched together to estimate the PLL’s small signal
closed loop transfer function. This experiment requires careful
calibration of the amplitude of the modulation tone; we have
found that several commercially available clock generators with
programmable phase modulation features filter the modulation

tone with their own internal PLLs. Such non-idealities must be
accounted for if the PLL’s transfer function is to be accurately
measured.
The PLL’s loop transfer function, shown in Fig. 15, and

in-band phase noise, shown in Fig. 16, were measured at 9
different frequencies, equally spaced from fastest to slowest in
a single coarse tuning band. On the left side of these figures, the
measurements without self-calibration are presented, showing
significant variation in both phase noise and transfer function.
On the right side of these figures are the transfer functions
and phase noise measurements after self-calibration. As can be
seen, a dramatic reduction in the variation of both loop transfer
function and in-band phase noise is observed. In a second test
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Fig. 17. Jitter peaking measured across a 300 mm wafer for every functional die at 25 GHz (a) before enabling the calibration engine, and (b) after enabling the
calibration engine.

of the integral path self-calibrating PLL, the 3 dB bandwidth
and jitter peaking were measured at an output frequency of
25 GHz, with a division ratio of 128 (reference frequency of
195.3125 MHz) across an entire 300 mm wafer. The results
of this test, plotted in Fig. 17, show that the spread of jitter
peaking is reduced from 2.4 dB to 1 dB through introduction of
the calibration technique.

VI. CONCLUSION

In this work we have demonstrated that a dual path type II
analog PLL is a suitable choice for implementing a fully in-
tegrated high frequency, low noise PLL. In addition, we have
demonstrated a new foreground calibration scheme that can be
used to calibrate the PLL’s integral path gain in order to compen-
sate for the non-linearity of the VCO and loop capacitor. This
calibration scheme has been demonstrated to work well even
in the presence of significant non-idealities within the loop, in-
cluding a limited range proportional path, and phase offsets at
the input of the PLL.
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